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Abstract A 10-b 120-MS/s pipeline analog-to-digital

converter (ADC) is implemented in a 45 nm CMOS pro-

cess. Three-stage amplifiers based on reversed nested

Miller compensation and Multipath zero cancellation

techniques are employed in the input sample-and-hold

amplifier (SHA) and two multiplying digital-to-analog

converters (MDACs). A single re-configurable three-stage

switched amplifier is shared between two adjacent MDACs

without MOS series switches and memory effects by

employing two separate NMOS input pairs. A charge

redistributed input sampling network properly handles both

single-ended and differential SHA inputs with a swing

range of 1.2 Vpp around a 1.6 V common-mode voltage.

The prototype ADC with an active die area of 0.58 mm2

consumes 61.6 mW at 120 MS/s and 1.1 V. The measured

differential and integral nonlinearities are within ±0.44

and ±0.75 LSB, respectively. At a sampling rate of

120 MHz with a 4.2 MHz sinusoidal input, the measured

maximum signal-to-noise-and-distortion ratio and spuri-

ous-free dynamic range are 55.6 and 70.4 dB, respectively.

Keywords Analog-to-digital converter (ADC) �
Pipeline � Three-stage amplifier � Amplifier sharing �
Re-configurable � Reversed nested Miller compensation �
Multipath zero cancellation

1 Introduction

The analog-to-digital converter (ADC) is one of the most

essential building blocks for advanced high-definition

video and communication systems. Particularly, high-

definition televisions processing over 2-million pixels

require the 8–10 effective number of bits (ENOB) at a

sampling rate exceeding 100 MS/s with low power con-

sumption and small chip area. One of the most efficient

ways to achieve low power at high speed is to use deep

submicron or nanometer technologies based on a low

supply voltage. Digital circuits can take full advantage of

a low supply voltage while analog circuits based on

operational amplifiers suffer from a reduced signal swing

and a low signal-to-noise ratio (SNR), thereby limiting

the overall system performance. A maximum feasible

SNR is directly related to the magnitude of input sam-

pling capacitors, which is also a dominant factor affecting

the overall power consumption in typical switched-

capacitor circuits. When a signal swing is decreased by a

half and the identical SNR should be maintained, the

corresponding sampling capacitance needs to be increased

by four times to lower the kT/C noise, which results in

considerably increased power consumption at the same

conversion speed. Moreover, high-speed high-resolution

ADCs have become more and more difficult to be

implemented in low-voltage nanometer-scale CMOS

technologies due to a low intrinsic output resistance and a

high parasitic capacitance of nanometer MOS transistors.

As a result, inventive high-gain, high-swing, and wide-

bandwidth amplifier designs as well as numerous power

saving, circuit sharing, and calibration techniques have

been the key design issues of high-speed high-resolution

ADCs based on the state-of-the-art low-voltage nanometer

CMOS processes [1–4].
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This work proposes a 10-b 120-MS/s 1.1 V 45 nm

CMOS three-step pipeline ADC sharing a single re-con-

figurable switched amplifier. A three-stage amplifier

topology is employed in the input sample-and-hold

amplifier (SHA) and multiplying digital-to-analog con-

verters (MDACs) to overcome the reduced DC gain

problem due to short-channel MOS transistors. The

reversed nested Miller compensation (RNMC) and Multi-

path zero cancellation techniques are selectively adopted in

the three-stage amplifier for a stable operation at a sam-

pling rate of 120 MS/s. A single re-configurable three-

stage switched amplifier is shared between two adjacent

MDACs to reduce power consumption and chip area

without conventional MOS series switches and memory

effects, which degrade the signal settling behavior of

amplifiers. Considering the different load capacitance and

feedback factor at each clock phase, the shared amplifier

employs the Multipath RNMC for the MDAC1 and the

conventional RNMC for the MDAC2, alternately. The

capacitor-based charge redistributed input network handles

both single-ended and differential SHA inputs with a peak-

to-peak amplitude higher than a power supply considering

various video applications.

The rest of this paper is organized as follows. The

proposed ADC architecture is introduced in Sect. 2 and

three-stage amplifier topologies are discussed in Sect. 3.

Circuit design techniques are described in Sect. 4. The

measured results of the prototype ADC are summarized in

Sect. 5 and conclusion is given in Sect. 6.

2 Proposed ADC architecture

The proposed 10-b 120-MS/s 45 nm CMOS three-step

pipeline ADC consists of an input level-shifted SHA, two

4-b MDACs, three sub-ranging flash ADCs, on-chip cur-

rent and voltage references [5], a timing circuit, and a

digital correction logic block with decimator, as shown in

Fig. 1. The ADC operates with two non-overlapping

clocks, Q1 and Q2. The input SHA based on a charge

redistributed architecture attenuates a 1.2 Vpp input signal

to 0.8 Vpp for the remaining pipeline stages to operate

properly with a high enough swing margin at a 1.1 V

supply. The input SHA and two MDACs are based on a

three-stage amplifier for a required high DC gain and a

high signal swing at a low supply voltage. The output

stages in all the three-stage amplifiers adopt a common-

source topology with a single tail current source for a high

signal swing. For a robust operation at a sampling fre-

quency exceeding 120 MHz, three-stage amplifiers imple-

mented in this work employ RNMC and Multipath zero

cancellation techniques, selectively [6, 7]. Two adjacent

MDACs, MDAC1 and MDAC2, share a single re-config-

urable three-stage switched amplifier with two separate

differential input pairs. As a result, only two amplifiers in

Fig. 1, AMP_S and AMP_M, are employed and the size of

the sampling capacitors are scaled down along the pipeline

stage to minimize power dissipation and die area for given

noise and matching requirements. In addition, each flash

ADC is based on the interpolation technique [8] to reduce

Fig. 1 Proposed 10-b 120-MS/s

three-step pipeline ADC
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the number of comparators by half while each comparator

is composed of a pre-amplifier and a regenerative latch.

3 Amplifier topology

3.1 Review on an RNMC-based three-stage amplifier

Of many frequency compensation techniques for a three-

stage amplifier, nested Miller compensation (NMC) and

RNMC techniques have been commonly used. The RNMC

technique has a considerable bandwidth advantage over the

NMC since the most inner feedback loop of the RNMC has

no connection to a load capacitance as shown in Fig. 2 [6].

In Fig. 2, gmi, Ri, and Ci are defined as the trans-conduc-

tance, output resistance, and parasitic capacitance of the ith

stage, respectively, while Cm1, Cm2, and CL represent the

relevant compensation and load capacitors.

The transfer function of the RNMC amplifier in Fig. 2 is

described in (1). From the third-order polynomial of the

denominator, the RNMC amplifier is basically a three-pole

system. For a system stability and fast signal settling, all

poles need to be located at the left-half plane (LHP) and

two non-dominant poles should be at a much higher fre-

quency than a dominant pole. A dominant pole and a gain-

bandwidth product (GBW) of the voltage-gain transfer

function are calculated in (2). The dominant pole as a real

value in the LHP is decided at the first-stage amplifier

output combined with a Miller capacitor of Cm1. Two non-

dominant poles can be real or complex-conjugate values

depending on the compensation capacitance and trans-

conductance as (3). If the non-dominant poles are real, the

second pole approaches too closely to the dominant pole

and it is difficult to obtain a wide bandwidth. Thus, the

non-dominant poles need to be complex-conjugate values

for a good phase margin at high-speed operation [2, 9]. On

the other hand, the numerator of (1) is a second-order

polynomial, which produces two zeros. Since the coeffi-

cients of the first and second-order terms are both negative,

one zero is located in the LHP, while the other is located in

the right-half plane (RHP) as calculated in (4). The RHP

zero reduces a phase margin, while the LHP zero is helpful

for a good loop stability. If two zeros are positioned at a

much higher frequency than the GBW, we can neglect the

negative effect with a loop stability analyzed in the third-

order Butterworth frequency response [6].

AvðsÞ;RNMC ¼
gm1gm2gm3R1R2R3

1þ sgm2gm3R1R2R3Cm1ð Þ

�
1� s Cm2

gm2
� s2 Cm1Cm2

gm2gm3

� �

1þ s Cm2 gm2 Cm1þCLð Þ�gm3Cm1ð Þ
Cm1gm2gm3

þ s2 Cm2CL

gm2gm3

� �

ð1Þ

xp1 ¼ �
1

gm2gm3R1R2R3Cm1

; GBW ¼ gm1

Cm1

ð2Þ

xp2; xp3 ¼ �
gm2 Cm1 þ CLð Þ � gm3Cm1

2Cm1CL

�

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
gm2gm3

Cm2CL
� gm2 Cm1 þ CLð Þ � gm3Cm1

2Cm1CL

� �2
s

ð3Þ

xz1; xz2 ¼ �
gm3

2Cm1

�

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
gm3

2Cm1

� �2

þ gm2gm3

Cm1Cm2

s
ð4Þ

In a unity-feedback topology of the RNMC amplifier, a

phase margin is expressed with a damping factor, f, and a

natural frequency, xp0, of non-dominant complex-

conjugate poles as shown in (5). For a good phase

margin at a high frequency, the damping factor needs to

be around 1=
ffiffiffi
2
p

, which means no frequency peak in the

Bode plot. This condition implies a good compromise

between bandwidth and stability [9, 10]. Moreover, the

second and third trans-conductance needs to be the same to

maximize the natural frequency. Under this condition, two

zeros are rewritten in (6) and the RHP zero is still located

at a lower frequency than the LHP zero. As a result, the

overall phase margin is a bit degraded.

PM ¼ 90� � tan�1 2fk

1� k2

� �
� tan�1 GBW

xz;RHP

�� ��
 !

þ tan�1 GBW

xz;LHP

�� ��
 !

 
when; f ¼

ffiffiffiffiffiffiffiffiffiffiffiffiffi
Cm2CL

4C2
m1

s
; k ¼ GBW

xp0

�� �� ;

xp0 ¼ xp2

�� �� ¼ xp3

�� �� ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffi
gm2gm3

Cm2CL

r !

ð5Þ

Fig. 2 Three-stage amplifier topology with an RNMC technique
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xz;RHP ¼
gm2;3

2Cm1

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4Cm1

Cm2

þ 1

r
� 1

� �
;

xz;LHP ¼ �
gm2;3

2Cm1

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4Cm1

Cm2

þ 1

r
þ 1

� �
;

when; gm2;3 ¼ gm2 ¼ gm3

� 	
ð6Þ

The stability analysis of the RNMC-based three-stage

amplifier depending on the trans-conductance ratio and

damping factor is illustrated in Fig. 3. The solid line

indicates a phase margin only with three poles, while the

dashed line shows a phase margin considering three poles

and two zeros. Since the damping factor is obtained by the

ratio of compensation and load capacitors as observed in

(5), we can make the damping factor to be 1=
ffiffiffi
2
p

by

selecting compensation capacitors corresponding to a half

of the load capacitor. Under this condition, the natural

frequency is determined by the second and third trans-

conductance, gm2 and gm3. Figure 3(a) shows the phase

margin versus trans-conductance ratio at a damping factor

of 1=
ffiffiffi
2
p

. Figure 3(b) describes the phase margin versus

damping factor at a trans-conductance ratio of 4 while the

damping factor is controlled by adjusting a size of the

nested compensation capacitor, Cm2. As shown in Fig. 3(b),

a large damping factor reduces a phase margin. On the

other hand, a low damping factor increases a settling time.

Thus, a proper damping factor around 1=
ffiffiffi
2
p

is needed for a

good loop stability. When two zeros are neglected, a good

phase margin around 60� is obtained with a damping factor

of 1=
ffiffiffi
2
p

and a trans-conductance ratio of 4. The zero effect

can be neglected by increasing the second and third trans-

conductance furthermore. However the increased trans-

conductance increases the overall power consumption, chip

area, and parasitic capacitances of the amplifier. As a

result, some kind of additional zero cancellation is

mandatory for a high enough phase margin with low

power consumption [11–15].

3.2 RHP zero cancellation

The RHP zero results from compensation capacitors con-

nected in parallel with a main signal path. When a signal

frequency is increased, a feed-forward small-signal current

passing through the compensation capacitors is also

increased due to a reduced impedance. The feed-forward

and the main signal currents are out of phase and cancel

each other. For a high-frequency RHP zero without addi-

tional circuitry, either a large output trans-conductance or a

small compensation capacitor can be selected. However,

the former increases power consumption while the latter

reduces a pole splitting effect and degrades a phase margin.

Many inventive RHP zero cancellation techniques have

been reported for the RNMC-based three-stage amplifier

[11–15]. The RNMC with a voltage buffer and zero can-

celling resistor improves bandwidth and settling time by

inverting the sign of the RHP zero and shifts the complex-

conjugate pole frequencies to a higher frequency [12]. An

additional current follower removes the RHP zero with

extra compensation circuitry and more power dissipation.

Although a voltage follower technique reduces power

consumption and silicon area, the changed RHP zero in the

transfer function complicates the stabilization of the

amplifier [13–15]. In this work, a Multipath zero cancel-

lation scheme is adopted to remove the RHP zero. The

proposed Multipath RNMC-based three-stage amplifier is

shown in Fig. 4 in a simplified single-ended topology,

Fig. 3 Phase margin of the RNMC-based three-stage amplifier

depending on a trans-conductance ratio and b damping factor

Fig. 4 Three-stage amplifier topology with a Multipath RNMC

technique
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while the real amplifier is implemented in a fully differ-

ential scheme.

An extra feed-forward path is employed between the

input of the first amplifier and the output of the second

amplifier. When a trans-conductance, gmf, is equal to gm1,

the overall transfer function is summarized as (7). The

undesirable RHP zero is removed, while the LHP zero is

relocated to a lower frequency than the original zero, which

increases a phase margin. Due to the same denominator as

(1), the stability analysis described in Sect. 3.1 is still

effective.

AvðsÞ;MRNMC ¼
gm1gm2gm3R1R2R3

1þ sgm2gm3R1R2R3Cm1ð Þ

�
1þ s Cm1

gm2

� �

1þ s Cm2 gm2 Cm1þCLð Þ�gm3Cm1ð Þ
Cm1gm2gm3

þ s2 Cm2CL

gm2gm3

� �

ð7Þ

3.3 Design considerations for high-resolution

high-sampling rate pipeline ADCs

Previously reported three-stage amplifiers have been

mainly focused on a unity-gain feedback configuration

operating at a several MHz with a large capacitive load of

several hundreds of pF [6], [9–15]. More design consid-

erations are needed to apply a three-stage amplifier to high-

resolution low-voltage pipeline ADCs operating at hun-

dreds of MHz. Since the main purpose for a three-stage

amplifier in pipeline ADCs is achieving a high DC gain,

the proposed three-stage amplifier can be employed in the

input SHA and the first-stage MDAC (MDAC1).

The DC gain of amplifiers in the SHA and MDAC1 is

determined by a required resolution. The total error at the

input of an N-bit converter should be less than a half LSB

of the N-bit resolution and thus the required loop gain of

the SHA and the DC gain of the MDAC1 are calculated in

a dB scale as (8). The DC gain of the SHA is the same as

(8) when a flip-around architecture with a feedback factor

of 1 is employed. In case of a charge redistributed SHA

using a couple of capacitors, the required DC gain is

increased due to a feedback factor less than 1. The GBW of

the amplifier is derived as (9) since the amplifier output has

to settle within an N-bit accuracy within the required set-

tling time [16, 17]. In practical circuit design, some

implementation margin is needed due to process, voltage,

and temperature variations and DC gain fluctuations

depending on a signal swing range.

A0 [ 20 � ðN þ 1Þ � log 2 ð8Þ

GBW ¼ f�3dB

b
¼ N � ln 2

2p � b � tsettling

ðwhere; b ¼ feedback factorÞ ð9Þ

4 Circuit implementation

4.1 Charge redistributed input SHA

with gate-bootstrapping switches

In this specific video application, analog inputs to the

prototype ADC can be single-ended or differential with a

swing range of 1.2 Vpp around a 1.6 V common-mode

voltage. Since the input common-mode voltage is much

higher than a supply voltage of 1.1 V, an internal common-

mode voltage needs to be level-shifted within the range of a

supply voltage. Moreover, a swing range of 1.2 Vpp needs

to be scaled down to a proper swing range for the

remaining pipeline stages to operate properly with high

enough margin and noise requirement. Considering various

design constraints, a charge redistributed input SHA is

employed in this design, as shown in Fig. 5. It consists of a

three-stage amplifier, two sampling capacitors, CST and

CSB, two holding capacitors, CHT and CHB, and MOS

switches. The switches for common-mode voltage sam-

pling and amplifier reset are based on PMOS transistors

since an internal common-mode voltage, VCM, is higher

than the mid level of a supply voltage, while the switches

for holding and input reset are CMOS transistors consid-

ering a bidirectional signal swing.

During the sampling mode of Q2, two sampling

capacitors sample a differential input signal, while two

holding capacitors sample a common-mode voltage at both

of the top and bottom plates. During the next holding mode

of Q1, the input nodes of CST and CSB are tied together

and the holding capacitors of CHT and CHB are connected

to the outputs for sampled charge redistribution. As a

result, the input SHA generates a reduced signal swing by a

ratio of CST/CHT (or CSB/CHB). Considering the thermal

noise of a 10-b accuracy, capacitances of 1.0 and 1.5 pF

are chosen for two sampling and two holding capacitors,

respectively. Although the charge redistributed input SHA

scheme has a bandwidth disadvantage compared to a flip-

around architecture due to a reduced feedback factor, it can

effectively handle both single-ended and differential inputs

with a wide input range by rejecting an input common-

mode voltage [18].

On the other hand, two input sampling NMOS switches,

M2 and M3, are controlled by the gate-bootstrapping cir-

cuits to minimize the non-linear distortion of sampled

inputs due to the on-resistance variations of sampling

switches by keeping the gate-source voltage constant [19].

Since a 1.2 Vpp input signal with a common-mode voltage

of 1.6 V exceeding a power supply of 1.1 V needs to be

sampled within a target accuracy, 3.3 V thick-gate oxide

devices rather than 1.1 V nominal devices are partially

employed in the input sampling and reset switches as well
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as the gate-bootstrapping circuits, as shown in the shaded

area of Fig. 5. The detailed gate-bootstrapping circuit is

illustrated in Fig. 6, where an extra PMOS transistor, M10,

connected in parallel with M9 reduces further the on-

resistance and parasitic capacitance between VIN and the

bottom plate of C3 around a maximum VIN by removing

the requirement of a large W/L ratio of M9 [20]. The

charge-pump circuitry may be removed if device M3

becomes a PMOS with its gate properly connected to a

specific node of the circuit as describe in [21]. However,

VSG and VDG exceed the maximum supply voltage of

3.3 V when M3 switch is turned on. Thus, the charge-pump

circuitry is adopted in this work considering reliability

problem. On the other hand, these high-voltage devices are

driven by a 3.3 V clock QxH locally generated from a

1.1 V clock Qx, as shown in the clock booster of Fig. 7. A

1.1 V input clock controls two transistors, M3 and M4,

with a trip-point voltage of approximately 500 mV. All the

Fig. 5 Charge redistributed

input SHA

Fig. 6 Gate-bootstrapping

circuit
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transistors excluding an inverter X2 in the clock booster are

3.3 V devices, while an inverter X1 is added to obtain the

same loading condition at both outputs.

The proposed Multipath RNMC-based fully differential

three-stage amplifier for the input SHA is illustrated in

Fig. 8. It consists of a folded-cascode amplifier followed by

two common-source amplifiers with a tail current source to

achieve a high DC gain and high output swing. Capacitors,

C1 to C4, are employed for an RNMC topology, while the

additional feed-forward path from a differential pair of M1

and M4 for multipath operation is connected to the output

nodes in the second amplifier. In addition, a conventional

switched-capacitor type common-mode feedback circuit is

employed in each stage amplifier. Simulation results of the

input SHA depending on two different compensation

techniques, RNMC and Multipath RNMC, are summarized

in Table 1. The -3 dB bandwidth and feedback factor of

the Multipath RNMC amplifier are slightly lower than the

RNMC amplifier due to an increased input parasitic

capacitance. The DC gain of the Multipath RNMC

amplifier is also less than the RNMC amplifier by about

3 dB since the parallel-connected feed-forward path redu-

ces somewhat the total output impedance at the second-

stage amplifier output. Nevertheless, the Multipath RNMC

amplifier shows a much higher phase margin than the

RNMC amplifier, which is essential in high-speed data

conversion of hundreds MHz.

4.2 Re-configurable and shared three-stage switched

amplifier for two MDACs

Two MDACs share a single re-configurable three-stage

amplifier with two separate differential input pairs as

shown in Fig. 9, considering that the amplifier is not acti-

vated during the sampling phase in a typical two-phase

clock based pipeline ADC. During the Q1 clock phase, a

reduced input of 0.8Vpp from the level-shifted SHA is

sampled in the MDAC1 capacitors, CS1\1:8[, with CF1

Fig. 7 Clock booster

Fig. 8 Multipath RNMC-based

three-stage amplifier in the input

SHA

Table 1 Simulation results of the input SHA

f-3 dB (MHZ) Feedback factor DC gain (dB) Phase margin (�)

RNMC MRNMC RNMC MRNMC RNMC MRNMC RNMC MRNMC

SHA 609 564 0.56 0.52 80.9 78.2 37.5 71.2
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reset to VCM, while the MDAC2 amplifies a residue

voltage reconstructed by the MDAC1 output and the digital

code of the flash ADC2. At this time, the shared amplifier

has the conventional RNMC topology. During the next Q2

phase, the MDAC1 amplifies a residue voltage recon-

structed by the previous SHA output and the digital code of

the flash ADC1, while the MDAC2 samples the MDAC1

output in the MDAC2 capacitors, CS2\1:7[ and CF2.

However, the shared three-stage amplifier has the Multi-

path RNMC topology rather than the RNMC at this time.

The detailed operation of the proposed re-configurable

three-stage switched amplifier is illustrated in Figs. 10 and

11, where the active devices at each mode are indicated in a

heavy line. The first-stage amplifier has a folded-cascode

topology with two separate NMOS input pairs, while sec-

ond- and third-stage amplifiers are based on a common-

source topology with a corresponding tail current source.

The cascode transistors, M21 and M22, are added in the

second-stage amplifier to obtain higher DC gain and good

compensation. The additional feed-forward path by M1–

M2 in parallel with the NMOS input pair, M6–M7, is

connected to a cascode node in the second-stage amplifier.

Considering the different load capacitance and feedback

factor at each clock phase, the shared three-stage amplifier

employs the Multipath RNMC for the MDAC1 and the

RNMC for the MDAC2, alternately.

During the MDAC1 operation of Fig. 10, analog inputs

are applied simultaneously to two separate NMOS input

pairs, M1–M2 and M6–M7, while the gates of two inactive

NMOS input pairs, M3–M4 and M8–M9, are tied to a fixed

bias voltage, VCM, to remove a memory effect originating

from the non-reset input nodes of shared amplifiers [22].

The three-stage amplifier based on the Multipath RNMC is

used for the MDAC1 residue amplification and the

Fig. 9 MDAC topology sharing a single re-configurable switched

amplifier

Fig. 10 Multipath RNMC-based three-stage amplifier for MDAC1 operation
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additional feed-forward input pair of M1–M2 improves a

phase margin by removing the RHP zero. On the other

hand, the shared amplifier for the MDAC2 sees a reduced

load capacitance and a lower feedback factor than the

MDAC1, resulting in an increased phase margin. The

excessively high phase margin may degrade a signal set-

tling time and behavior. Thus, during the MDAC2 residue

amplification of Fig. 11, analog inputs are applied only to a

single NMOS input pair, M8–M9, while both of the inac-

tive NMOS input pairs, M1–M2 and M6–M7, and the feed-

forward input pair, M3–M4, are tied to VCM. As a result,

the amplifier configuration for the MDAC2 is based on the

RNMC technique and the excessively high phase margin is

properly compensated as summarized in Table 2.

Since two input pairs of Figs. 10 and 11 are alternately

operating with input summing nodes reset to VCM, extra

signal-steering MOS switches do not exist. Furthermore,

unlike the conventional switched op-amp [3], the bias

current for the first-stage amplifier flows continuously

through a tail current mirror, regardless of the MDAC1 or

MDAC2 operations. Two NMOS switches steering the bias

current of the first-stage amplifier are turned on and off

alternately with slightly overlapped clocks, Q1B and Q2B,

instead of typical non-overlapped clocks, Q2 and Q1, to

reduce the undesired glitch energy in the input stage during

high-speed switching.

5 Prototype ADC measurements

The proposed prototype ADC as shown in Fig. 12 is

implemented in a 45 nm CMOS process primarily with

1.1 V thin-gate oxide devices. The input sampling and

clock booster circuits in the input SHA for this specific

application partially employ 3.3 V thick-gate oxide devices

for high input voltages exceeding a power supply of 1.1 V.

Fig. 11 RNMC-based three-stage amplifier for MDAC2 operation

Table 2 Simulation results of the MDAC1 and MDAC2

f-3 dB (MHZ) Feedback factor DC gain (dB) Phase margin(�)

RNMC MRNMC RNMC MRNMC RNMC MRNMC RNMC MRNMC

MDAC1 531 427 0.09 0.07 86.5 85.9 51.7 70.5

MDAC2 474 332 0.08 0.06 86.5 85.9 58.1 76.7
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The prototype is packaged in ball-grid-array type and the

socket is applied for measurements. The ADC consumes

61.6 mW including 3 mW reference buffer power at

120 MS/s with a 1.1 V supply voltage and the active die

area is 0.58 mm2.

The measured differential nonlinearity (DNL) and inte-

gral nonlinearity (INL) at 120 MS/s are within ±0.44 and

±0.75 LSB, respectively, as shown in Fig. 13. The mea-

sured signal-to-noise-and-distortion ratio (SNDR) and

spurious-free dynamic range (SFDR) with a 1,024-point

FFT are 55.1 dB and 70.0 dB, respectively, at a sampling

frequency of 120 MHz with a 1.2 Vpp differential input

sinusoidal signal of 4.2 MHz, as plotted in Fig. 14(a). The

measured FFT spectrum of Fig. 14(b) demonstrates the

Fig. 12 Die micrograph of the prototype ADC (0.85 9 0.68 mm)

Fig. 13 Measured DNL and INL

Fig. 14 Measured FFT

spectrum with differential

a 4.2 MHz and b 61 MHz

inputs
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SNDR and SFDR of 52.8 and 65.9 dB, respectively, with a

Nyquist input frequency of 61 MHz at a sampling rate of

120 MS/s. As shown in Figs. 15(a) and (b), the ADC shows

a maximum SNDR of 55.6 and 52.2 dB and a maximum

SFDR of 70.4 and 65.4 dB with 4.2 and 40 MHz single-

ended 1.2 Vpp inputs, respectively. When a single-ended

1.2 Vpp Nyquist input is applied to the prototype ADC, the

SNDR and SFDR are measured to be approximately 50 and
60 dB. The measured dynamic performance of the proto-

type ADC as a function of input frequency is illustrated in

Fig. 16, where the ADC can process both differential and

single-ended inputs up to the Nyquist frequency at 120 MS/

s. On the other hand, Fig. 17 shows the measured perfor-

mance of the ADC as a function of sampling rate and supply

voltage. When a supply voltage is increased up to 1.5 V, the

measured ADC maintains a performance above 8 ENOB at

160 MS/s. The figure of merits (FoM), defined as (10), is

1.04 pJ/conversion-step and the prototype ADC perfor-

mance is summarized in Table 3.

FoM ¼ Power

2ENOB � Fs
ð10Þ

6 Conclusion

A 10-b 120 MS/s three-step pipeline ADC is implemented

in a 45 nm CMOS technology. Three-stage amplifiers

Fig. 15 Measured FFT

spectrum with single-ended

a 4.2 MHz and b 40 MHz

inputs

Fig. 16 Measured ADC performance as a function of input frequency

Fig. 17 Measured ADC performance as a function of sampling rate

and supply voltage

Table 3 Performance summary of the measured prototype ADC

Resolution 10 bits

Speed 120 MS/s

Process 45 nm CMOS

Supply 1.1 V (analog and digital), 3.3 V(input network)

Input range 1.2 VPP (VIN,CM = 1.6 V)

SNDR

Differential 55.1 dB (at fin = 4.2 MHZ)

52.8 dB (at fin = 61 MHZ)

Single-ended 55.6 dB (at fin = 4.2 MHZ)

52.2 dB (at fin = 40 MHZ)

SFDR

Differential 70.0 dB (at fin = 4.2 MHZ)

65.9 dB (at fin = 61 MHZ)

Single-ended 70.4 dB (at fin = 4.2 MHZ)

65.4 dB (at fin = 40 MHZ)

DNL -0.34 LSB/?0.44 LSB

INL -0.73 LSB/?0.75 LSB

Power 61.6 mW(analog: 55.0 mW, digital: 6.6 mW)

Die area 0.85 9 0.68 mm
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based on RNMC and Multipath RNMC techniques are

employed in the input SHA and two MDACs to achieve a

high DC gain and good loop stability. A re-configurable

three-stage switched amplifier is shared between two

adjacent MDACs without MOS series switches and mem-

ory effects by employing two separate NMOS input pairs.

A charge redistributed input network properly handles both

single-ended and differential SHA inputs with a high peak-

to-peak amplitude exceeding a 1.1 V power supply. At a

clock frequency of 120 MHz, the measured maximum

SNDR and SFDR are 55.6 and 70.4 dB, respectively, with

a 4.2 MHz 1.2 Vpp input signal. The SNDR and SFDR of

the prototype ADC are maintained above 52.8 and 65.9 dB,

respectively, up to the Nyquist input frequency. The ADC

shows a performance above 8 ENOB at 160 MS/s and a

supply voltage of 1.5 V. The ADC consumes 61.6 mW at

120 MS/s and the active die area is 0.58 mm2.
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